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ABSTRACT

A NEW FINITE TRANSMISSION ZERO GENERATION TECHNIQUE IN
EVANESCENT MODE WAVEGUIDE COMBLINE FILTERS

Inan, Elif
M.Sc., Department of Electrical and Electronics Engineering

Supervisor: Prof. Dr. Nevzat Yildirim

January 2014, 99 pages

With the recent development of the RF and microwave technology, sizes of the
microwave filters become more of an issue. In this thesis, evanescent mode
waveguide combline bandpass filters operating at 16.6-17 GHz frequency band
suitable for miniaturized RF & microwave modules have been developed. In order to
accomplish compact filter sizes, evanescent mode waveguide (EWG) and combline
filter designs are incorporated. By using a filter design software Filpro and 3-D
electromagnetic (EM) simulation software (CST) a 4-resonator EWG combline
bandpass filter is designed. The size of the aforementioned filter design is then
further decreased by incorporating Finite Transmission Zero(s) (FTZ). The method to
realize the FTZ(s) in the EM simulator is a novel technique where dielectric material
is placed in between two adjacent resonator rods creating a series capacitive
reactance. This capacitance appears to be in parallel with the inherent series
inductive reactance of the waveguide piece between adjacent rods, thus forming a
parallel LC resonator in series arm, stopping signal flow at its resonance frequency,

thus forming a FTZ. The tuning of the FTZ(s) is achieved by adjusting the height of



the corresponding dielectric material. The FTZ(s) can be placed on either sides of the
passband, improving the selectivity of the filter while also reducing the length of the
filter appreciably. Approximately 15% and 27% size reduction is observed after
inserting one FTZ and two FTZs, respectively.

Keywords: Cavity Resonator, Microwave Filter, Evanescent Mode Waveguide

Filter, Combline Filter, Finite Transmission Zero
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SONUMLENEN MOD TARAK FiLTRELERDE YENI BiR ILETIM SIFIRI
OLUSTURMA TEKNIGI

Inan, Elif
Yiiksek Lisans, Elektrik Elektronik Miihendisligi Boliimii

Tez YoOneticisi: Prof. Dr. Nevzat Yildirim

Ocak 2014, 99 sayfa

Son zamanlarda gelisen RF ve mikrodalga teknolojisi ile birlikte mikrodalga
filtrelerin boyutlar1 da dnem kazanmistir. Bu tezde, 16,6-17 GHz frekans bandinda
calisan, kii¢iiltiilmiis boyutlardaki RF ve mikrodalga modiillerde kullanmaya uygun,
sontimlenen mod dalga kilavuzu tarak tipi bant gegiren filtreler gelistirilmistir.
Kompakt filtre yapisi elde etmek i¢in sonlimlenen mod dalga kilavuzu ve tarak filtre
yapilart birlestirilmistir. Devre tasarim yazilimi Filpro ve 3 boyutlu elektromanyetik
simiilasyon ortami CST kullanilarak 4 rezonatorlii soniimlenen mod tarak tipi bant
geciren filtre tasarlanmistir. S6z konusu filtrenin boyutlari, iletim sifir(lar)1 eklenerek
kiiciiltiilmiistiir.  Iletim  sifir(lar)im  elektromanyetik ~ simiilasyon ortaminda
gerceklemek icin kullanilan 6zgilin teknik, iletim sifirlarini dielektrik materyal ile
temsil etmektir. Iletim sifirmin ayarlanmasi, ona karsilik gelen dielektrik materyalin
boyunun ayarlanmasi ile saglanmistir. Iletim sifir(lar)1 kullamilarak filtrelerin
bastirmalart iyilestirilmis ve bir iletim sifir1 ile boyutta yaklasik %15 kiictilme, iki
iletim sifir1 kullanilarak yaklasik %27 kiigiilme elde edilmistir.

Anahtar Kelimeler: Kavite Rezonator, Mikrodalga Filtre, Soniimlenen Mod Dalga

Kilavuzu Filtre, Tarak Filtre, Iletim Sifirt
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CHAPTER 1

INTRODUCTION

1.1  Literature Survey on Microwave Filter Design and Combline Filters

Microwave filters play very important role in electronic systems, satellite
communications, radars and wireless networks. These components are widely used
in these systems in order to distinguish the wanted signals from unwanted ones.
There are numerous applications for RF and microwave filters which require many
different design approaches in communications. However, the first microwave filters

were built for military purposes.

The basic of transmission line theory was first introduced by Oliver Heaviside
around the late 19" century. [1] He considered that in order to guide an
electromagnetic wave there are two metallic conductors are needed, even if there is
single one, and then the other has to be an earth connection of something equivalent.
Furthermore he considered propagation among a hollow guide where he came up
with that the propagation is impossible without an inner conductor. Later, J. Larmor
investigated the theory of resonant components, which became the basics for current
resonance theory approaches. [1] Afterwards, Lord Rayleigh figured out that there is
a possibility for electromagnetic waves to propagate in hollow guides, where he
defined the theory of propagation of transverse electric and magnetic waves. He
found out that the propagation of the waves inside a hollow waveguide depends on

the cut-off frequency as well as the cross-sectional dimensions of the guide. [1]



After 1930s, the scientists at Bell Laboratories and the MIT (Massachusetts Institute
of Technology) got involved in the waveguides and their transmission characteristics,
which could be a good replacement for coaxial lines that are lossy compared to

waveguides. [2]

The study on microwave filters also started around similar timeline. One of the first
papers investigating the filter design focused on the ABCD parameters approach to
derive the image impedance and phase and attenuation of various filter types. [3]
During World War II, MIT Radiation laboratory focused on waveguide filters,
Harvard Radio Research Laboratory dealt with various types of broad-band filters
with coaxial resonators. During these days, the publication of Waveguide Handbook
is achieved, which is the leading source for microwave electronics and still used

today.

Afterwards, modern distributed circuit theory approach investigating capacitance-
inductance- transmission line models has begun. K. Kuroda came up with a set of
transformations has a name of himself as well, where a section of a transmission line
with a parallel open-circuited stub can be converted into a series short-circuited stub

or vice versa and then these identities started to be used in the literature. [3]

Initial theories on direct-coupled filters showed that the simple resonant cavities do
not end up with better stopband characteristics, so the investigations lead to the use
of chain of cavities that are directly coupled to each other. In order to obtain more
satisfactory results, formulas were defined to use Butterworth and Chebyshev low-
pass prototypes and look up tables were generated in order to decrease the cost of
implementation where the use of the computers was not common as expected. A very

good example of this is the book, Handbook of Filter Synthesis. [4]

Next, the idea of inter-cavity couplings by means of inverters was introduced. With
this approach, the broader bandwidths with simpler equations for low-pass

prototypes, lumped element filters, waveguide and stripline filters were presented.

[5]



Parallel coupled filters were introduced in [6] and [7], which were also the building
blocks for the interdigital and combline filters. In 1962 George Matthaei published
the design procedure of an interdigital type bandpass filter where the resonator
elements were placed between parallel ground planes. [8] His approach was started
with lumped-element approach and the low-pass prototypes. Later on, he extended

his study over combline filters. [9]

In the similar timeframe, waveguide filter design was challenged with the evanescent
approach, which supports the waveguide propagation below cut-off frequency. [10]
Since the design approach and the responses are similar for both evanescent mode
and combline filters, merely the evanescent mode waveguide filters are argued to be
the waveguide version of the combline filters. It was argued that both evanescent and
combline filters have a number of axially spaced screws into the guide from the
broad wall, which shows bandpass filter characteristics below cutoff frequency due
to propagation of an evanescent form of TE10 mode and this could be in fact due to
coupled TEM mode, supported by screws, perpendicular to the direction of

propagation.

Combline and interdigital filters attracted lots of attention due to its ease to realize as
well as electrical performances. Wenzel studied combline and capacitively loaded
interdigital filters in [11]. In [12], detailed analysis with the coupling between two
waveguides is presented. It has been shown that the coupling value depends on the
resonant frequency of the screw tuned cavities, which is one of the most crucial
remarks regarding to combline filter approach. He presented synthesis procedures
and simple modification for using lumped capacitors. General equivalent circuits for
the tapped-line narrow to moderate bandwidth combline filters were given in [13]. A
new type of combline filters with superior steepness characteristics were introduced
in [14], in which a practical design consideration operating at low microwave
frequencies with a very compact design as well as a steep upper band was shown.
Explicit expressions and design equations for combline and interdigital tapped-line

input filter similar to the ones given in [9] and [13] are derived in [15]. In [16], a



technique to design microstrip tapped-line interdigital filters has been presented
showing the superiority over conventional microstrip filters that the tapped-line
filters were still realizable for moderate bandwidth. However it was also highlighted
that the conventional microstrip filter was advantageous for high frequency and
narrow band applications that the tap-point loading becomes comparable to
wavelength and this loading may not be practical. Numerical analysis with finite
difference method of a dielectric filled coaxial resonator filter with narrow air space
in the medium between resonators and a higher unloaded Q and smaller in size
compared to conventional dielectric filled coaxial resonator was demonstrated in
[17]. Later, different dielectric-filled combline filters were designed and fabricated
with the results illustrated in [18]. It was also shown that the wide stopband with
weaker spurious signals can be realized by combining quarter-wavelength uniform
impedance resonators with stepped impedance resonators. Another design of tapped
combline filter was given in [19] where the composite effects of multiple quasi-TEM
modes and non adjacent couplings were investigated. The reduction in cover height
resulted in performance improvement in stopband, since the phase velocities of
various quasi TEM modes were equalized with the corresponding cover height
reduction. An inhomogeneous combline filter with metalized resonators and
dielectric block with dielectric coupling holes in between the resonators together
with its equivalent circuit was given in [20]. Design and fabrication of asymmetric
broadside coupled coplanar waveguides for interdigital bandpass filters in order to
achieve lighter weight, compact size, low insertion losses and very small fractional
bandwidth were compared in [21] and good agreement were obtained. Similar
deduction of the explicit expressions for combline and interdigital tapped-line input
filter given in [9] and [13] was also done in [22]. It was derived that the approach in
[13] fails to predict the insertion loss function for third order degree filter and true
method to obtain the exact equivalent circuit was shown. Following this study, the
bandwidth of the traditional combline filter was expressed in terms of a fraction of
wavelength and ground-plane spacing and also showing the effect of on unloaded Q.

[23] The increment achieved for unloaded Q of combline filter was shown to



resemble the higher O of the evanescent mode waveguide filters. The ideas derived
in [20] and [18] were revisited for non-dielectric case in [24] to improve the spurious
performance of the combline filters. Stepped rod resonators of [18] and coupling
slots similar to [20] were carefully combined to either shift to higher frequency or
suppress the first spurious passband. The group delay approach to design the
combline filters was demonstrated by Ness in [25] with examples. The theory of
filter design from lowpass-to-bandpass transformations has been extended with the
insertion of the group delay of the reflected signal. The equations relating the group
delay to the coupling coefficients have been derived. By this way, precise tuning of
the filter to succeed a specific bandpass response was demonstrated. Later in [26],
less expensive and faster design and analysis approach for evanescent mode
combline filters is given. The authors argue that the TEM analysis of combline filters
is not enough. TEM field is being distorted at the open ends of the resonators
yielding propagation of evanescent modes, explicitly affecting the couplings between
the resonators and resulting in wider bandwidths. In [27], the authors introduced the
design of various microwave filters. The lumped-element theory is given to simplify
the crucial points to the beginners in this field. Furthermore the design methodology
used for filter theory is expanded to the design of other passive microwave
components. The design of ultra compact size cavity based combline filter for EMI
filtering purposes is described in [28]. Later on, in [29], RF MEMS technology is
used to tune the resonators of evanescent mode cavity filters. This approach is further
extended in [30] with a novel method of changing the capacitive loading instead of

mechanical movement of the screw by using RF MEMS switched capacitor banks.

Microwave circuits have been also modeled via various electromagnetic (EM)
solvers based on numerical methods. After 1970s, the wide availability of computers
increased attention to Computer Aided Design (CAD) tools. In 1990s,
electromagnetic solvers began to spread over UNIX and personal computers (PCs).
From that time, electromagnetic simulation has become important in engineering
design approaches. 3D EM solvers as well as RF circuit design tools allowed to

explore the effects of 3D discontinuities, interactions of the adjacent and non-



adjacent components in the circuit, resonances etc. Key EM tools can be counted as:
CST Microwave Studio from Computer Simulation Technology, HFSS from Ansoft,
Momentum from Agilent Technologies, Microwave Office from AWR Corporation,
GENESYS from Eagleware etc. Any high frequency EM analysis can be handled

with any of these tools.

Throughout this thesis, various combline type filter design and simulations were
handled via Filpro and CST. The theoretical bandpass comb type filter designs are
done via Filpro, which was developed by Prof. Dr. Nevzat Yildirim, METU, Turkey.

Then the corresponding results are carried to CST for further tuning and realization.
1.2 Aim and Contributions of the Thesis

The modern RF and microwave module technology requires smaller elements, so the
filters used in the modern modules should be as small as it can be. The aim of this
thesis is to design a miniaturized combline filter that is convenient to use in modern

type microwave modules, according to the specifications given in Table 1.1.

Table 1.1 Expected filter specifications

Passband corners 16600-17000 MHz
Return Loss >15dB
Length <30 mm

It means that the filter should have smaller dimensions compared to the conventional
combline bandpass filters. One way to implement the filter with smaller dimensions
is to operate it in evanescent mode, namely below cutoff frequency. Hence, the
combline filter structure will be incorporated with evanescent mode waveguide
(EWQG) structure. The dominant propagation mode for conventional rectangular

waveguide filters is TE10 mode. The physical dimensions of the desired filter are set



by inspecting cutoff frequency of TEI0 mode which is set by the width of the
waveguide. The passband center (about 16.8 GHz) of the evanescent mode
waveguide design should be well below cutoff frequency f. to avoid degradation in
response. After several iterations, the width and the height of the enclosure is
selected as 6 mm and 4 mm, respectively. The cut-off frequency of the TE10 mode
of the corresponding waveguide is 24.982 GHz. The length of the 4-resonator EWG
combline filter accomplishing the above specifications is derived as 38.7 mm using

the software CST.

In order to reduce the size more and increase the selectivity in lower stopband, a
similar 4-resonator filter with a finite transmission zero (FTZ) added to the lower
stopband of the filter (16000 MHz) is designed. The FTZ is implemented in the 3-D
electromagnetic simulator software via a novel technique, where an adjustable-height
dielectric block represents the FTZ. The selectivity of the bandpass filter for the
lower frequency band is improved and the length is reduced to 33 mm leading to

15% reduction in size compared to EWG combline filter without FTZ.

Even more miniaturized version of this filter with sharper response in both upper and
lower stopbands is designed with two FTZs. By following the aforementioned novel
technique, i.e. replacing the FTZs with dielectric blocks, the length of the final EWG
combline filter is reduced to 28 mm which means a further reduction of about 15% in

size compared to one FTZ filter.

1.3  Overview of the Thesis

This document is structured into five chapters, the contents of which are outlined

below.

Chapter 2 provides a brief summary of interdigital, combline and mixed digital filter
structure with detailed explanation of the combline structure. Since the design is
incorporated with EWG filter structure, EWG filter theory is also explained. In
addition to the basic combline and EWG theory, group delay method that is used for



practical test and design of the combline filters is clarified. The last point indicated in

this chapter is finite transmission zeros in EWG combline filters.

Chapter 3 discusses the definition of the problem as the reason of the design. In
definition, the constraints on the design are extracted. After the description of the
problem, the characterization of a resonator which is the building block of the filter is
expressed. Chapter 3 also covers a 4-resonator EWG combline bandpass filter design

in accordance with the recommendations given in Chapter 2.

In Chapter 4, the finite transmission zero(s) is(are) added to the filter designed in
Chapter 3 via a novel technique. A detailed discussion of the technique is also
included. Both the circuit-based design and physical realization using 3-D

electromagnetic solvers are outlined.

The final chapter gives a conclusive discussion in accordance with the work outlined

in the preceding chapters.



CHAPTER 2

BASIC THEORY BEHIND THE EVANESCENT MODE COMBLINE
FILTER DESIGN

2.1 Interdigital, Combline and Mixed Digital Filters

Interdigital, capacitively loaded interdigital, combline and mixed digital filters are
similar structures that they are formed by N-parallel coupled lines with each line (bar)
being short circuited to ground at one end while the other end is either left open or
terminated in a capacitive reactance. These filters are counted in the family of direct
coupled resonator filters. The reason for this is that in the N-coupled line filters each
line with the capacitive loading (if exists) form a shunt resonator. The difference
between combline and interdigital filters can be seen in Figure 2.1 where in combline
filters the short circuit (SC) ends of bars are on the same side (Figure 2.1.a) while in
interdigital filters the SC ends alternate (Figure 2.1.b). Conventionally the name
interdigital is used for filters without capacitive loadings. The name Capacitively
Loaded Interdigital Filter with capacitive reactances is used in order to distinguish
this type of filter from conventional interdigital filters. From here, it can be concluded
that the classical interdigital filters are special cases of capacitively loaded interdigital
filters obtained by setting capacitors to zero (Figure 2.1.c). However considering the
fringing capacitors at the open ends, these filters can also be handled as capacitively
loaded interdigital filters. Additionally, in Figure 2.1.d mixed digital structure where

both comb and interdigital type couplings are also illustrated.
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Figure 2.1 Combline and interdigital filter structures

Since the N-parallel coupled line part of this structure is the core sections of this
filter, it needs special treatment to function properly. In general analysis of an N-
parallel coupled conductor system need to be handled through electromagnetic
simulation tools. The synthesis stage where developing a proper circuit model to be
linked to the filter synthesis tools and then finding the physical dimensions from the

element values of the circuit require a number of simplifying assumptions is given as

It will be assumed that only pure TEM or quasi-TEM modes of

electromagnetic waves exist in the medium of operation. This assumption
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leads to the usage of the commensurate length distributed element filter
concepts to develop all-stub circuit models which can be linked easily to the

filter synthesis tools.

e Another usual assumption is that the resonator bars are coupled to only the
adjacent resonators. The rest of the all non-adjacent couplings are neglected.
This assumption leads to a simple ladder type circuit model which can be
converted into a direct coupled resonator form by simply adding the

resonating capacitors.

In general these assumptions may hold to some degree in different realization
structures, like slabline, stripline, microstrip, waveguide, etc. Fortunately,
degradation in response because of such non-adjacent couplings and/or because of
existence of non-TEM and evanescent wave modes can be corrected to a great extent
by simply tuning or optimizing the design either at circuit theory level or during EM

analysis and realization stages.

TEM wave assumption enables description of single and multiple coupled

transmission lines in terms of static capacitance parameters of the system.

After a brief introduction about the comb type and interdigital filters, next, the theory

behind the key concepts of combline structures are given.
2.2 Key Concepts on Combline Structures
In this section the key concepts related to combline filters will be summarized.

2.2.1 Characterization of Single TEM Mode Transmission Lines and SC
Stubs

A single lossless transmission line operating in TEM mode (a two wire line) can be
described by its characteristic impedance Z, (or admittance Y;=1/Z;) and its phase

constant f which are defined as
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Z,=1/Y,=~L/C 2.1)

p =aJLC (2.2)

where L and C are series inductance and shunt capacitance of the line per unit length

as shown in Figure 2.2.

Static capacitance model of a two-wire line
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Figure 2.2 Static capacitance model of a TEM-mode transmission line

The transmission line is depicted as a two wire line with currents flowing in opposite
directions as seen in the left illustration of Figure 2.2. An infinitesimal length Ax of
the transmission line can be represented by its series inductance LAx and shunt
capacitance CAx. The electric and magnetic field lines of a slab type transmission
line are also shown in the same figure. For transmission lines operating in TEM
mode, the product of L and C are related through the electromagnetic parameters u =

W o and € = g, g9 of the medium as
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LC= pe= thytt, 656, = 1,8, /¢ =1/v* 2:3)

where c is the velocity of light, x, is relative permeability of the medium (unity for
non-magnetic dielectrics), ¢, is the relative permittivity of the medium (dielectric

constant) and
v=1/pue=c/u,e, (2.4)

is the phase velocity of the wave. In a non-magnetic dielectric medium, by setting

w=1, we have

V:c/\/; (2.5)

Thus, a TEM mode transmission line can be characterized when its capacitance C per
unit length, inductance L per unit length and the dielectric constant of the medium, ¢,
are known. Since the calculation of the capacitance is usually easier for most
structures, it is better to rearrange the definition of characteristic impedance and

propagation constant as

Z,=1/Y, =L/C =1/vC = [¢, | cC (2.6)

ﬁzmﬁzm/Vszg_r/c:%zf\/Z/c (2.7)
By using the definition of guided wavelength A,

A=vif=clfe, =2,/ ¢, (2.8)

where 19 =c/f being the free space wavelength. The expression for the phase constant

S may also be written in terms of wavelength as
B =2afJe, lc=2m12=2me /2 (2.9)

On the other hand, the capacitance parameter can also be calculated through the
electrostatic field definition Q=CV where Q is the total charge per unit length and
is the amplitude of the voltage wave travelling on an infinitely long conductor. This

capacitance is commonly termed as the static capacitance of the transmission line,
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because the electric field lines of the waves are the same as those in static electric

field systems.

A transmission line piece of physical length d given in Figure 2.3.a can be

characterized as follows:

The electrical length @ of a transmission line with physical length d is then defined as
0=pd=2rd|2=awdlv=wnde |c=21fd\ls, ¢ (2.10)
where 4 is the wavelength at frequency f, in the medium with dielectric constant ¢,.

The frequency at which the physical length d becomes equal to quarter wavelength is
termed as the quarter wave frequency f;. Inserting d=4/4 in (2.10), it is calculated

that the electrical length is equal to n/2 at the quarter wave frequency:
O(f,)=2nd/A=m/2 (2.11)
Using (2.11) we can get an expression for f, in terms of the line length d as follows:

0(fq)=2xf,d Je, lc=n/2 (2.12)

fq:C/4d\/g (2.13)

for the usual non-magnetic dielectric media.
The electrical length at any frequency f may also be written as
O(f)=x/2)(f1f,) (2.14)

When such a transmission line is used as a two-port element, it can be characterized

in terms of its ABCD parameters as given in [31]:

A= cosH
B= 1Z,0S1n0
150 2.15)
C= 7Y osin@
D= cosH
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An all-stub Pi and Tee models of such a transmission line are shown in Figure 2.3.b.
The Pi-model consists of a parallel combination of a positive SC stub and a negative
OC stub in series arm surrounded by two shunt OC stubs, all having half the length
of transmission line. The Tee-model has a series combination of a negative SC stub
and a positive OC stub in shunt arm surrounded by series SC stubs, all having halved
lengths. The parallel and series combinations of SC and OC stubs, one having
negative impedance indicates that these elements create a finite transmission zero on
real (¥) axis of S=X£+j® domain. Figure 2.3.c shows all-lumped approximations of a

transmission line that are available in Filpro.
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Figure 2.3 Characterization of a transmission line of length d
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When a transmission line piece of length d is short circuited at one end it becomes a

SC stub as illustrated in Figure 2.4.a and its input impedance is given by [31], [32]:
Zsc(f)= jZ,tan O(f) = jZ, tan(nf /2 f,) (2.16)

At the quarter wave frequency f;, 8=rn/2, hence tan@=c. So, at about /=f,, a SC stub
behaves like a parallel LC resonator. Therefore if a SC stub appears in series arm, it
creates a finite transmission zero at f.=f, and if it is connected in shunt arm then it
acts as a shunt connected parallel resonator that can be used as resonator element of

coupled resonator filters with passband center at fy=f, given in Figure 2.4.b.

For frequencies lower than f;, a SC stub acts like an inductive reactance. Then, a
resonator can be formed by connecting a capacitive reactance in parallel with it.
Therefore a shunt SC stub in parallel with a capacitive reactance can be used as
resonator element of coupled resonator filters with passband center fy<f, and a series
arm SC stub in parallel with a capacitive reactance can be used to create a finite

transmission zero at £.<f, as seen in Figure 2.4.c.

Figure 2.4.d shows another circuit model for SC stubs. It is formed by paralleling a
SC and an OC stub with doubled impedances and halved lengths. This exact identity

can be used in manipulation of filters for finding different equivalent circuits.
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Figure 2.4 Characterization of a SC stub

The standing wave patterns for voltage (electric field) and current (magnetic field) on
a SC stub at different frequencies when it is excited at the other end are given in
Figure 2.5. The electric field is zero (zero voltage) and the magnetic field is

maximum (maximum current) at the SC end in all cases.
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The case of /=2f, where the length d is equal to half wavelength is shown in Figure
2.5.a. One complete standing wave pattern appears along the line at this frequency.
The magnitude of the electric field is zero at the SC end, and then increases and gets
its maximum value at quarter wavelength away from the SC end. This point is the
middle of the line and then starts to decrease and finally becomes zero again at the
source end. The current (magnetic field) shows the opposite behaviour. That is it is
maximum at the SC end, minimum in the middle of the line and again maximum but
in the opposite direction at the source end. It should be noted that the direction of
magnetic field reverses in the middle of the stub. The positions of maximum electric
field is important because of the possibility of dielectric breakdown and the positions
of maximum current is important because of excessive heating-melting in high power

applications.

Figure 2.5.b shows the case for f=f, where the stub length becomes a quarter
wavelength. Here the position of maximum electric field and minimum magnetic
field shifts to the source end. This is a crucial pattern because many filters use
quarter wavelength stubs. At this frequency the input impedance seen at the source
end becomes infinite and the stub can be treated as a parallel resonator. The current
is also maximum at the SC end with the direction of the magnetic field remains the
same over the line. Since the electric field gets its maximum value at the source end
in this case, the choice of the connector types in high power applications turns out to

be important.

Figure 2.5.c and Figure 2.5.d show the cases where f=f,/2 and f<f,/2 respectively.
Since the electrical length is less than a quarter wavelength for both cases, the first
maximum of the electric field (minimum of magnetic field) cannot be reached over
the line. Since the electrical length of the stub is short, little variation is observed in
electric field and magnetic field. That is, electric field remains weak while magnetic
field remains strong everywhere over the line. This idea is used to get magnetic

(inductive) coupling between adjacent parallel coupled lines.
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Standing wave patterns on a SC stub
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Figure 2.5 Standing wave patterns over a SC stub at different frequencies

In synthesis stage of a filter usually the impedances and lengths of stubs and
transmission lines are determined. However in realization stage the physical
dimensions of the filter, i.e. the width and the thickness of a line and spacings to
ground planes, are going to be enough. If the medium is homogeneous then the
parameters like the dielectric constant ¢,, the wavelength A, the phase velocity v and
the quarter wave frequency f, are also known. Therefore the problem is
determination of width-thickness-ground plane spacings. In order to figure out the
corresponding spacings, first the capacitance C per unit length is found from the
impedance Z, using (2.3) - (2.6) and then the physical dimensions are calculated by

analytical formulations, graphs, charts or through electromagnetic simulation tools to
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realize this capacitance. In an inhomogeneous medium where permittivity ¢, is
different in different parts of the medium, an effective permittivity ¢, 5 is needed to
be calculated first and then this value is used in the formulations of phase velocity,
wavelength and quarter wavelength frequency and capacitance. In dispersive
medium, the effective permittivity is a function of frequency. Therefore the effective
permittivity also becomes an unknown. Furthermore, practical lines involve
discontinuities of diverse kinds. Therefore in general iterative trials through
electromagnetic simulation tools are usually needed until the desired capacitance and

hence the desired characteristic impedance is obtained [26]-[48].
2.2.2 Comb Type Coupled Line Pair

Figure 2.6.a shows comb type coupling obtained by shorting node-1b and node-2b to
ground. Line-1-0 becomes a shunt SC stub between node-1a and ground, the Line-2-
0 becomes a shunt SC stub between node-2a and ground while Line-1-2 becomes a

SC stub between node-1a and node-2a, as shown in the figure.

The relations Y;=vCj; and the static capacitance matrix parameters can be used for
calculating the physical dimensions for realization of the admittances. It is always
desirable to have identical resonator bars. That is impedances of the shunt SC stubs
need be equated. Conventionally this is done by capacitance matrix transformations
of Wenzel [8]. On Filpro, this is done by Pi-Tee-L transformations, where the
command Pi-Tee-L / Pi-to-Sym Pi is applied. With this process, the impedances of
the shunt SC stubs become equal and a transformer is being produced, as described in

Figure 2.6.b.
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Figure 2.6 All-stub model of a comb type coupled line pair and Pi-Tee-L

transformation for equating shunt SC stubs

In Figure 2.7, the coupling mechanism is described from different points of view. In
Figure 2.7.a the two port network formed between Port-1a and Port-2a of the short
circuited line pair which is indeed a comb coupled line pair is reconsidered. The
shunt and series SC stubs can be converted into their half length equivalents which
are paralleled OC and SC stubs of halved lengths and doubled impedance. The
element coupling of the two shunt resonators is a paralleled OC+SC stub. The effect
of paralleled SC and OC stubs shows itself as a finite transmission zero on s=j® axis,
at w=0q (f=f;). At this frequency the positive and negative susceptances of OC and
SC stubs cancel leading to zero coupling susceptance (infinite series reactance-
parallel resonance), hence decoupling the two resonators. So, for comb type

couplings, although the shunt resonators are open circuit, hence allow transmission
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of signal from port-1la to port-2a, signal flow is stopped by the parallel resonator in
series arm. Therefore in order to form a passband we have to use other mechanism. A
passband can be formed by lowering the resonance frequency of the shunt arm
elements by placing capacitive reactances in parallel with the shunt SC stubs which

is given in Figure 2.7.b.
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Figure 2.7 Coupling mechanisms in a comb coupled line pair
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From field theory perspective the coupling mechanism can be explained as follows:

At frequencies about f,, the lines are about quarter wave long. Therefore the electric
and magnetic standing waves have maximum amplitude variation along the lines. At
SC ends the E-field is zero and H-field is maximum while at the other ends E-field is
maximum and H-field is minimum as also described detailed in Section 2.2.1. The
magnetic field generates the inductive part of the coupling reactance while the
electric field provides the capacitive part of the coupling reactance. In comb type
structures electrically and magnetically coupled signals tend to cancel each other, as
noticed in the stub model of the circuit. At frequency f;, the cancellation of the
coupling is complete, thus the power transfer between the lines is stopped. At
frequencies f<f,, the wavelength is longer compared to the wavelength at /=f,, so the
amplitude of the electric field standing wave remains small while the amplitude of
magnetic field standing wave remains high due to the small electrical distance to the
SC ends. Therefore the inductive (magnetic field) coupling becomes higher than the
capacitive (electric field) coupling. So, the coupling reactance is inductive for f<f,
with the shunt elements being inductive reactances. Therefore the circuit is made up
of a ladder of series and shunt inductors as shown in the figure for /<f,. The circuit
can be made to possess a passband if the shunt inductors can be converted into
parallel LC resonators by adding capacitive reactance in parallel with the shunt
inductors as described before and shown in Figure 2.7.b. The circuit section can be

treated as a series inductively coupled shunt resonator filter section.

In the above description of comb type coupling it is assumed that only TEM mode
waves exist. However when a filter made up of N comb type coupled lines is placed
in an enclosure; evanescent waves can propagate depending on the cross-sectional
dimensions of the enclosure. These modes can create unaccounted coupling between
resonators. In such cases the section of evanescent waveguide between adjacent
resonator operating in TE10 mode can be approximated by a Pi-section of inductors.
The shunt inductor of the Pi-section dominates the resonator impedances while the
series inductor of the Pi-section acts as the coupling element. In order to approximate

the TE10 mode, a lumped inductive reactance is added in parallel to the series SC
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stub representing the TEM mode coupling. Since the filter response is very sensitive
to coupling element variations in narrowband filters, the insertion of series inductor
in parallel with the series SC stub widens the filter bandwidth. However, the
degradation in the filter response can be corrected by small adjustments in coupling
distances or by inserting tuning screws in between the resonators to disturb the

coupling fields.

2.2.3 Nodal Resonance Frequency, Coupling Coefficients, The Quality Factor

Concepts

In the old classical approaches where the direct coupled resonator filters were
designed by mapping from ready lowpass (LP) prototype filters, the parameters
Coupling Coefficient and External Q were sufficient to characterize the LP
Prototype. Additionally, these parameters can be transformed to bandpass (BP) form
through the same LP-to-BP frequency transformation function [33]. Thus, mostly the
direct coupled resonator filters can be characterized through the BP transformed k-
QOext parameters together with the Nodal Resonance Frequencies. This approach is
more convenient in a sense that the design and realization by using LP prototype
tables is simpler and after realization of the filter, the tuning and the testing to
achieve the targeted insertion and return loss is faster. The parameters k-QOey are still
useful for realization and testing/tuning stages of filters designed in Filpro where
such filters are already synthesized directly as bandpass filters. Therefore the
parameters k-QOe are not defined from the prototypes. Instead, after all element
values are found, the aforementioned parameters are obtained by using their

definitions given in the rest of this section in terms of element values of the filters.
Nodal Resonance Frequency

The direct coupled resonator lumped element filter is shown in Figure 2.8.a. The
resonator elements are denoted by L;o-Cjo, L20-Cao, L30-Cs0, etc. The coupling
elements are shown as Lj,, Ca3, Las, etc. In filter design, the resonance frequencies of

. th
resonators are the easiest parameters to measure. The k™ resonance frequency of the
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isolated resonators is set by the elements Lyo-Cyxo. However in filter measurements
the coupling elements need to also be considered as well because the resonance
frequency at a node is usually measured by grounding the other nodes which are
coupled to this node. The resonance frequency measured by grounding the adjacent
nodes is called as the Nodal Resonance Frequency of that node. The coupling
elements will become shunt and will be added in parallel with the resonator elements
of that node when the adjacent nodes are shorted to ground. Therefore Nodal
Resonance Frequency is obtained via paralleling all the reactive elements connected
at a node. In Figure 2.8.a the resonator elements of the nodes 1, 2 and 3 are shown.

Their nodal resonance frequencies are given by

for =1/274JL,C, (2.17)

where Ly and Cy are now parallel combination of the node-to-ground elements

Ly and Cyy with the coupling elements Ly x.; and Ly s+ or Cixs; and Cy ;.

In combline filter circuits the resonators can be formed by a shunt SC stub in parallel
with lumped capacitors or distributed capacitive reactances, like OC stubs. Figure
2.8.b shows the circuit of a combline filter with lumped capacitors. In the usual
combline filters the coupling element is a series SC stub. If the coupling between
resonators is of slot type then the coupling element needs to be modeled as a lumped
inductor or other equivalent inductive reactances. When the adjacent nodes are
grounded the total reactance at a node is obtained by paralleling all the elements
connected to that node. Therefore in the circuit of Figure 2.8.b, the total shunt SC
stub impedance is set by parallel combination of the node-to-ground SC stub and the
SC stub connecting that node to the adjacent nodes. The nodal resonance frequency

Jfox=wo/27 at node-k is found by equating the total susceptance of the node to zero:

@0, C —1/(ZkTan (a)Okd\/:/c)): 0 (2.18)

where Z is the total shunt SC stub impedance and d is the length of stub.
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Coupling Coefficients

Two circuits are said to be coupled when they are related in such a way that energy
can interchange. More specifically the current exists in a circuit if and when the other
circuit is energized. Since coupled circuits interact on one another, characteristics of
one of the circuit are affected by the parameters of the other circuit to some extent
depending on the degree of coupling. Therefore a measure of “degree of coupling” is
a useful parameter. One measure of coupling between two circuits is the coupling
coefficient defined in Figure 2.9, on a lumped element direct coupled LC resonator
filter shown in Figure 2.9.a. When the nodes 1 and 2, are coupled inductively, after
removal of the shunt capacitors at the nodes, a Pi-section of inductors is found as
demonstrated in Figure 2.9.b. In order to find the coupling coefficient defined on this
Pi-section, the circuit at node-1 is fed and node-2 is grounded leading to the circuit of
Figure 2.9.c. In this circuit the total current I; entering node-1 is split into two
components, I;o and I;,. The fractional part I, of I;, that is, I;»/I; is an index for the

degree of coupling and calculated as

h: L = /L, (2.19)
I, Y,+Y, 1/L,+1/L,

Here, Y10=1/joL10 and Y12=1/joL12 are susceptances of L10 and L12
respectively. Similarly, feeding node-2 and grounding node-1 will end up with the
circuit of Figure 2.9.d. In this circuit the fraction I,,/I, is also an index for the degree

of coupling:

Ly Y VUl (2.20)

In filter theory, the geometric mean of these two indices is defined as coupling

coefficient k;, between the resonators of nodes 1 and 2 and found as
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k :\/(112 J(IM] _ Y
12
I, I, —\/(Y10+Y12)(Y20+Y12)

(2.21)
B 1/L, _ A/ LiL,
NAT Ly + 1/ Ly )1/ Ly +1/L,) L,
where

are the total inductors connected at nodes 1 and 2 respectively.

From field theory point of view, coupling between two inductors is made through
their magnetic fields. Therefore inductive couplings are also referred to as magnetic

coupling coefficients, ky,.

Similarly a capacitive coupling coefficient is defined on a Pi-section of capacitors, as

shown in Figure 2.9.e:

gy = Y _ Gy _ Gy (2.23)
\/ (Yot h3)(hs+Y3) \/ (Go+C) G+ G5) \/ GG

where C,=C5+C>3; and C3=Cj3p+C>3 are total capacitors connected to nodes 2 and 3
respectively. Since the actual coupling is made through electric fields, capacitive

couplings may also be called as electrical coupling, k.

In summary, coupling coefficient of any type, L or C, between two nodes is the ratio
of the susceptance of the coupling element to the geometric mean of the total
susceptance of the two nodes. If two shunt LC resonators are coupled through a
series arm parallel LC resonator, then both electric and magnetic couplings are
defined and the final coupling coefficient will be the difference of electric and
magnetic coupling coefficients, ke-kn,. Furthermore, the coupling coefficients for

comb type couplings can be generalized as described in Figure 2.10 for f'<f,.
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Figure 2.9 Coupling coefficients between lumped element resonators
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Figure 2.10 Coupling coefficients for comb type coupling for ' < f,

Unloaded Q and External Q

The quality factor Q of an isolated RLC resonator is termed as Unloaded Q. For a

series RLC resonator it is given in Figure 2.11.a and defined as follows:

! o,L (2.24)
Qu = = ST
Rsr a)O Csr Rsr
while for a shunt RLC resonator,
(2.25)

QU = Rsha)OC

sh

In these equations Ry, and Ry, are equivalent resistors due to conductor and dielectric

loss and @, is the resonance frequency of resonator. These resistors are usually

frequency dependent. However for narrowband filters they may be treated as
constant. In practice R, is required to be as small as possible while Ry, is required to

be very large to simulate ideal lossless LC resonators.

The quality factor of the resonators at source and load terminations is set by the

source and load resistors, Rg and R;, because these resistors have much more
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influence than the loss resistors of the resonators. The loaded Q or External Q (Qext)
of the filter is given in Figure 2.11.b. If a series LC resonator is adjacent to the

source (load) resistor Ry, then its Qext turns out to be

1 o,L. (2.26)
Qext = =
Rsa)OCsr Rs
and if a shunt LC resonator is adjacent to R, then its Qext is given by
(2.27)

Qext=R w,C,,

Usually some extra elements exist between the first resonator and R, and the last
resonator and R;. For such cases the equivalent resistance and reactance seen when
looking from the resonator to the source or load end is determined and then these
resistive and reactive components are treated as integral parts of that resonator, and

the above formulations are used to find Qext.
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Figure 2.11 Unloaded Q and External Q of shunt and series resonators

To sum up, in the case of an inductor of inductance L, the series resonator Ry,
represents the corresponding loss of the inductance. If Ry, is reduced, O will increase
as seen in (2.24). In a similar manner, parallel Ry, represents the losses of a capacitor.
When Ry, increases, the Q also increases as seen in (2.25). In the case of quarter
wave resonators or waveguide cavities, it is not easy to find out the losses due to
aforementioned resistors. Because of this, O, the quality factor, is taken into account.
QO and loss are inversely related. On the other hand, Q can be considered as a
measure of the energy stored in a resonator. For cavities or coaxial lines, bigger

dimensions mean better energy storage capability, so bigger dimensions mean higher

0.

34



2.3 Group Delay Method for Combline Filter Tuning and Adjustment

Tuning of the parameters of direct coupled resonator filters, like width, thickness and
spacings of resonators and capacitors is an extremely tedious process by inspection of

only insertion loss and return loss parameters.

Bandpass filters can uniquely defined by their “Q” and external and internal
couplings. In the case of tapped cavity coupled bandpass filters, the tapping point
mostly defines the external coupling and the size and the proximity of the resonators
define the internal couplings. Therefore, the analysis and the determination of the
tapping points as well as the resonators will lead to the physical realization of the
filter design faster. This means that the structures are to be modified during the
development stage to obtain the correct coupling bandwidths or reflected group
delays, which are directly related to each other and will be discussed in this section in
detail. It is possible to measure the coupling bandwidths or reflected group delays to a
high degree of accuracy, although it is mostly difficult to gain access to the resonators
in the filter. For narrow bandpass filters, the finite “Q” is the limit for accuracy,
however for the broader bandpass filters, the frequency dependency of the coupling
networks in the filter design are dominating for accuracy. The Group Delay Approach
is applicable to all types of bandpass filters, i.e., lumped element, cavity resonator,
dielectric resonator, waveguide, microstrip etc. Hence this approach will also be used

in fine tuning of the filters developed in this thesis.

The concept of coupling bandwidths has been used for filter designs since 1960s.

Normalized coupling bandwidths are being calculated from the lowpass prototype ¢

values. Furthermore, the inductive and capacitive elements in the lowpass prototype
can be eliminated via admittance and impedance inverters. A better way to
characterize a microwave bandpass filter is to consider the resonant elements as
parallel L and C components and the couplings as admittance inverters consisting of
inductive elements. If the coupling is being inductive, inductive element is used in the

admittance inverter and if the coupling is being capacitive, capacitive element is used.

35



Adjustment of coupling coefficients of adjacent pairs of resonator is usually sufficient
for tuning of the filter. However inspection of the frequencies of reflection zeros of
the resulting filter and inspection of Delay of S11 when a resonator is shorted to
ground will lead to better characterization of a microwave filter. [25] The idea behind
this method is to short circuit the rest of the resonators which are not considered for
the specific group delay in concern. The approach starts with short circuiting all
resonators. Then one resonator is restored and tuned to find the group delay from the
previously calculated coupling bandwidth via Filpro. Then two resonators are being
restored and the group delay of two resonators is calculated. This process goes on

until all the resonators have been restored and considered.

Coupling bandwidth, K, is used frequently in testing and adjustment stages of a

filter. This parameter can be defined in terms of Q,,, and center frequency, fy, of the

filter as
2.28
K - A ( )
s =
Q(Z.X[
For the first resonator, the coupling bandwidth K, is given as [34]
K.=2/nt, (2.29)

where #4; is the measured group delay of s;; at fo. This equation can be expressed as
follows where the coupling bandwidth is expressed in terms of MHz and the time
delay is in nanoseconds;

K, (MHz)=636.6/t, (2.30)

By tuning the filter via the tuning screw, the corresponding coupling bandwidth as

well as the group delay is achieved.

For the second resonator, two group delays are to be considered, only the first and
second resonators are restored where the rest of the resonators are short circuited.

The coupling bandwidth for this case is as follows:
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K, (MHz) =636.6//(t,t,,) (2.31)

For the third resonator, there resonators are restored and the equation to be used is

K, (MHz) = 636.6 / \[(1,,(t,3 — 1,,) (2.32)

This formula can be generalized for the nth resonator when n > 3 as,

Kn—ln(MHZ) = 636'6/\/(td(;1—1) - td(n—3))(tdn - td(n—z)) (2'33)

where ¢, is the group delay of the nth resonator at f,.

Since, the coupling coefficients and Q,,, values are calculated from the design in
Filpro, the group delays of each resonator is calculated via (2.29) — (2.33) and then
the spacing between the resonators and the tapping points are adjusted with respect to

these group delay values.
2.4 Evanescent Mode Waveguide (EWG) Filters

By using conventional waveguides far below the cutoff frequency, f., of its dominant
mode it is possible to realize miniaturized waveguide filters with similar or better

performances.

At frequencies below the cutoff frequency, the propagation constant, f, becomes

imaginary, and thus it turns into an attenuation constant as given in (2.35)

ﬂz@\/l_(fc—/f)zzj@W=ja (2.34)

That is, the waves in all modes attenuate exponentially and the name Evanescent
Mode Waveguide (EWG) comes from here. However, this attenuation is due to
reflection of the waves, much like the attenuation in lossless filter elements in their

stopbands and is different from the attenuation due to resistive loss.
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On the other hand, in the cutoff region the characteristic impedance of the waveguide
becomes purely imaginary. That is the waveguide acts as a reactive distributed
element rather than a propagating transmission line. This reactive nature is exploited
for realization of filters. Approximately equivalent circuit models of an EWG piece

operating in TE10 mode are shown in Figure 2.12.

For Zsr=jxosinh ¥
y / Zsh zeh Zsh= j %o coth [¥£/2)
" Zsr Zar Zer=jxotanh (¥4 2)
Zgh Zeh= | ¥o
sinh 1 .f
— K=o sinh ¥4
Zsh Zsh

Zsh= j ¥o tanh Y £

v = 2mf (fc J;1:}2 -1 Propagation (attenuation) constant for f<fc for TE1O mode
C

120wh
YW=— Y-1 based characteristic impedance of WG for TELD mode
avE (/i1
C
fc = A Ve Cutoff frequency for TELD mode
C: Yelocity of light £ilength & width b: Height

£y Relative permittivity of dielectric filling the WG

Figure 2.12 Pi, Tee and inverter models of an evanescent mode waveguide piece

operating in TE10 mode

Using the circuit models described in Figure 2.12, it is possible to convert the
bandpass filter circuits shown in Figure 2.13 into an EWG filter. That is, an
evanescent waveguide piece can be converted into a filter by shunt capacitive
loadings at proper positions along the waveguide. The circuit of Figure 2.13 has a
single transmission zero at f=0 and the rest at f=co, the same as a combline filter.

Therefore EWG filters have selectivities similar to combline filters.
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Figure 2.13 Lumped element bandpass filter prototypes that can be converted into
EWG filters

Such filters can be designed in frequency ranges starting from VHF frequencies to
millimeter wave frequencies, with bandwidths from 1-percent up to an octave or
wider band and with wide stopbands. Actually the inductive reactances used in
modeling EWG pieces are not lumped inductors. Compared to lumped inductors,
they have higher rate of increase with frequency because the attenuation tends to zero
as frequency approaches to the cutoff frequency, f.. The effect of this approximation
shows itself as a shrink in bandwidth. However at frequencies well below the cutoff
frequency the shrinkage in bandwidth reduces considerably.

The lumped capacitors can be formed by capacitive posts such as shown in Figure
2.14. The posts have some inductive reactances which should be taken into
consideration during the synthesis stage of the filter. That is, a good circuit model is
necessary for the posts to be used during the synthesis. Since such inductances are
geometry, frequency and mode dependent usually full EM modeling and simulation

is needed for this purpose.
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Figure 2.14 Capacitive posts in an EWG filter

Figure 2.15.a shows the electric field lines of TE10 mode and the surface currents on
the walls of the guide. A vertical post of height h<b can be placed inside the guide to
get a lumped capacitor effect as shown in Figure 2.15.b. The electric field of TE10
mode will induce charges and hence current along the post. The charges accumulated
at the top end of the post create strong electric field between the end of post and top
wall, creating the capacitive effect. However existence of the post presents a
discontinuity and complicates the problem basically by leading to local mode

conversions.
1) TEM waves along the posts:

The current along the post completes its path through the top and side walls down to
the bottom wall as shown in Figure 2.15.b. The electric field lines extending from the

post to the side walls of the guide suggest existence of TEM wave propagation along
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the post, in much the same way as the TEM wave mode assumption along the fingers
of combline or interdigital filters. In this respect the conducting post in between and
parallel to the two side walls can be treated as a slab line with TEM mode
characteristic impedance zy set by its radius and distances to side walls (s in the
figure). Since one end of the post is connected to ground plane (bottom or top wall)
it can be simulated as a SC stub of length h. Thus, a standing wave exists on the SC
stub with zero voltage (maximum current) at SC end and maximum voltage (zero
current) at the capacitor end. Given the parameters h and zy, the reactance X; of the

post can be calculated as the input reactance of the SC stub as
XL:Z() tan@

where @ is the electrical length of the post. An equivalent lumped inductance can be
derived as
L=(Zy tan6) / an

where wy is the passband center of the intended filter. Thus, we have an inductive
reactance in series with the capacitor C, forming an LC type resonator. However,
although the inductive and capacitive reactances seem to be in series, actually it is
not a series LC resonator, but a parallel LC resonator simply because both ends of the
LC element are connected to each other through the side walls of the guide. That, if
the junction of SC stub and capacitor shown as node-A in the figure is taken as a
node, the SC stub and capacitor are actually in parallel, extending from node-A to
ground as shown in the circuit model of Figure 2.15.b. Thus, we actually have a
parallel resonator similar to the resonators of combline and capacitively loaded

interdigital filters.

The transversal TEM modes over the posts should decay in longitudinal direction of
the guide. If they don’t decay sufficiently at the position of the next post then the
nature of coupling between adjacent posts will change. That is we may have both
evanescent TE10 mode and TEM mode type couplings. If they decay sufficiently
then we will have only Evanescent TE10 mode type coupling. This aspect of the
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problem depends on the geometry and dimensions of guide and posts and needs

modal EM analysis.

2) TE20 and higher order modes:

The side surface of the post forms a conducting wall which forces the electric field
solutions to be zero on its surface. Such a boundary condition can be satisfied by
higher order modes like TE20, TE40, etc. As an example the electric field lines of
TE20 mode are shown in Figure 2.15.c. Since these modes decay at a higher rate
than the fundamental TE10 mode, they may lead to only local energy storage which
means that the reactance of the LC resonator may need trimming. However in cases
where the adjacent resonator rods are close to each other (wideband filters), these
higher order modes may also lead to extra (unaccounted) coupling between adjacent
resonators.

In any case a good EM analysis will be helpful.
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2.5 EWG Filters and Combline Filters

There are similarities between combline filters and EWG filters. If a combline filter
is built in an enclosure with rectangular cross-section then the enclosure may also be
treated as a waveguide. When the enclosure cross-sectional dimensions allow only
evanescent waveguide modes to travel in the longitudinal directions within the

enclosure, corresponding combline filter will act like an EWG filter.

In the development of distributed element circuit models of combline filters, it is
assumed that only TEM mode waves travel in the transversal directions, along the
rods. The TEM wave travelling in between a rod and ground plane helps to define
characteristic impedance Zyo for rod-k defined by the distance between rod and
ground and also by the radius (cross-sectional dimensions) of the rod together with
the dielectric constant of the medium. The input excitation is coupled to the first rod
to induce electric field/current along the rod which in turn creates the TEM waves
between rods and ground and in between adjacent rods. One end of each rod is
connected to a capacitor (Cy) and the other end is connected to the enclosure wall
which is grounded. Thus, the rods can be modelled as SC stubs of impedance Zyg
between one port of the capacitor and ground. Since the other port of the capacitor is
also grounded, the rod and capacitor forms a parallel resonator made up of a shunt
SC stub and lumped element capacitor. The waves over each rod form standing
waves with maximum of current at the grounded end and maximum of the voltage at
the capacitively loaded end as depicted in Figure 2.16.a. Coupling between the
adjacent rods of combline are provided by the odd mode TEM waves travelling in
between the rods. For example, rods k and k+1 are assumed to form a two-wire-line
of characteristic impedance Zxx;. So, the medium between adjacent rods acts as a
two-wire transmission line grounded at the same side ends, forming a SC stub. This
SC stub represents the coupling element between adjacent resonators. In Figure
2.16.a two-resonator combline structure with the capacitors Cip and C,p and

characteristic impedances of the shunt SC stubs denoted by Zio and Z,( are given.
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For frequencies f<f; where {; is the quarter wavelength frequency of the rods, the SC

stubs can be approximated as lumped element inductors as shown in the figure.
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Figure 2.16 Circuit models of Combline and EWG filters
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Figure 2.16.b shows the circuit model of a portion of EWG filter. The coupling
between adjacent resonators will be provided only by the evanescent waves
supported by the enclosure cross-sectional dimensions. If the inductive Pi-model is
used for the EWG filter design, then the circuit model leads to the lumped element
form as given on the right hand side of Figure 2.16.b where shunt parallel resonators
made up of parallel connection of shunt inductor of the Pi-model of EWG and the
parallel resonator model of the capacitive posts are formed. Since these shunt
resonators are coupled to each other inductively (through the series inductor of the
Pi-model of EWG), if the capacitors are placed at the same side ends of the rods then
the same lumped element prototype as the Comb type filters will be formed as seen

in the figure.

The main difference between combline and EWG lies in the interpretation of the
coupling conditions. In combline, coupling is provided by the TEM waves travelling
in between the adjacent rods, in the transversal plane of the housing. However, in
EWG filters, coupling is provided by the evanescent waveguide pieces modelling the
waves travelling in longitudinal direction. As stated earlier, if the housing of a
combline allows only evanescent waveguide modes to travel in the longitudinal
directions within the housing, then TEM waves in transversal direction and
evanescent waves in longitudinal direction will exist which means that such filters

may also be treated as EWG filters.

On the other hand, possible evanescent mode waves in longitudinal direction for the
combline filters are usually assumed to be ineffective compared to the main TEM
modes travelling along the coupled lines. However, as indicated in [35], this may not
hold under every circumstance. That is the coupling between adjacent rods may get
some interference from the longitudinal travelling evanescent modes that are
unintentionally supported by the enclosure leading to mixed type couplings. For
example in combline filters, besides the series SC stub a lumped inductor in parallel
with the SC stub to simulate the EWG type coupling should be added. Experiments

indicate that some of the evanescent modes may be suppressed by grounding the
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alternate ends of adjacent rods, but in combline filters the same side ends of rods are
grounded that more evanescent modes could be generated because of the asymmetry
of the top and bottom halves of the structure. Effects of evanescent mode couplings

result as bandwidth widening.

In conclusion, it is clear that in the most general circuit model of Comb-EWG
structures couplings between adjacent resonators may be of combinations of TEM
type and EWG type couplings which may also requires the incorporation of higher
order EWG modes as well. Therefore a generally valid circuit model can only be
developed after a detailed analysis of existing wave modes which requires the use of

full wave EM simulations.
2.6 Finite Transmission Zeros in EWG Combline Filters

Circuit models of the combline filters involve inductive couplings between adjacent
resonators, appearing as series arm SC stubs which displays inductive reactance for
f<fq as described before. This series inductive reactance can be resonated by
paralleling it with a capacitive reactance to create a finite transmission zero. This is
possible by introducing a series lumped capacitor between open ends (capacitively
loaded ends) of the adjacent lines [36]. The parallel capacitive reactance can be
implemented easily in comb type coupled line sections by narrowing the gap
between the ungrounded tips of adjacent lines. In this thesis an alternative novel
approach is tested for realization of capacitive reactance by introducing a dielectric

slab between adjacent rods.

Next chapter describes the complete design and realization of a comb type bandpass
filter in detail starting with a characterization of a single resonator, which is the

building block of the corresponding filter.
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CHAPTER 3

DESIGN METHODOLOGY OF A EWG COMBLINE BANDPASS
FILTER

In this chapter, the design stages of EWG combline filter are developed in detail. By
using the theory given in Chapter 2, first of all the building blocks of this type of
filter, the resonators, are investigated. The chapter begins with the characterization of
a single resonator. Then a 4-resonator bandpass filter is designed by starting with the
lumped element model of the filter in Filpro. After determining the circuit of the
corresponding filter, the coupling coefficients, external Q, resonant frequencies and
the group delays are extracted. By using these parameters, the physical dimensions of
the filter are derived and the design is implemented in EM simulation software, CST.
Various tests and trials are performed in order to achieve the expected filter

specifications.
3.1 Characterization of a Resonator

The detailed theory about the resonators is given in Chapter 2. Here, the design
methodology of the resonators is described. The crucial point to be derived is the

dimensions of the resonators.

The characteristic impedance of a coaxial line is a function of the cross-sectional
dimensions of the line as well as the dielectric constant of the dielectric located in
between the conductors. When the inner conductor is assumed to be resonator and

the outer conductor is assumed to be enclosure of the resonator, the cross section of a
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single resonator inside an enclosure can be modeled like a coaxial line. For different

cross sections and enclosures, the characteristic impedances of the resonators are

approximated in Table 3.1. [37]

Table 3.1 Approximate characteristic impedances for various resonator types

Resonator Visualization Approximate
type characteristic impedance
equation (Ohm)
Inner
nductor:
FORTHER 59.9521n 2
Circle Z, = Ta
Outer :
conductor:
Circle
Inner
conductor: b
136.7log,,| 0.9259—
Square 7 a
0 \/7
Outer £,
conductor:
Square Er
Outer conductor
Inner B 94.172
conductor: W * x(W/b)+1/xInF(x)
Rectangular where
Out 4 —
et 1-a/b
conductor: x+1)*!
F= D
Rectangular (x-1)

Outer conductor
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Table 3.1 (continued) Approximate characteristic impedances for various resonator

types
Inner
conductor: b
59.9521n (1 0787 j
Circle 7 = a
)=
Outer b \/87,
conductor:
Square &r
Outer conductor

When the above approximations for different resonator types are plotted for varying
“a/b” ratio with the air to be assumed in between the conductors (g=1), the

characteristic impedances given in Figure 3.1 are achieved.
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Figure 3.1 Characteristic impedances of various coaxial line types vs. a/b ratio

The characteristic impedances of the resonators slightly vary for different coaxial

line types as illustrated in Figure 3.1, which is expected.

Throughout this thesis, square inner conductors are considered, since the realization

of this type of conductor is more feasible and practical when a dielectric material is

being added in between the resonators which will be discussed in Chapter 4.

Next, the quality factor of the square coaxial line will be demonstrated. The quality

factor, Q, which explained earlier in Chapter 2, is being determined by the

attenuation of the line and has to be high enough to have less attenuation.

The attenuation of a coaxial line is approximated as [38]
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a, =1.898x107 [ \[f(GHz) (;1”2 //“ J(dB/unit length) (3.1)
n a

which is due the ohmic losses in conductors. In this case, again there is no dielectric
is assumed in between the conductors. The Q factor of the coaxial line with the
attenuation of (3.1) is given by [38]

TN\ E,
a,’

(3.2)

chl

C

The plot for the normalized unloaded Q factor is given below in Figure 3.2. The

values are normalized with respect to the highest value for the sake of simplicity.

MNormalized unloaded Q of square coaxial resonator
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Figure 3.2 The normalized unloaded Q factor of a square transmission line vs.

Characteristic impedance of the square coaxial resonator
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The Q-factor of a coaxial line gets its highest value when the characteristic
impedance is around 70 Ohm for a square coaxial line. In order to achieve the
highest quality factor, the characteristic impedance of the square resonators is chosen
to be 70 Ohm. Then, by considering Figure 3.1 again, the value of “a/b” which is the
ratio of the thickness of the inner conductor to the width of the enclosure is
determined as 0.33 where the characteristic impedance value for the square inner
conductor & rectangular outer conductor resonator is 70 Ohm.

On the other hand, by using (2.35), the attenuation constant versus frequency

normalized to cutoff frequency is depicted in Figure 3.3.

Attenuation Constant vs. Frequency Mormalized to Cutoff Frequency
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Figure 3.3 The attenuation constant vs. Frequency normalized to cutoff frequency

for EWG filters
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As seen from the graph, well below cut off frequency the attenuation becomes flatter.
From this point of view, in order to achieve more flatness through the passband of
the filter, the attenuation at the edges of the passband have to be similar, thus the
width of the evanescent mode waveguide have to be chosen small enough in order to
stay far enough from the original cut-off frequency of the waveguide.

Table 3.2 given below illustrates the cut off frequencies with respect to the width of

the waveguide.

Table 3.2 Filter width vs. Cut off frequency

Width (mm) Cut off Frequency (GHz)
8 18.737
7 21.413
6 24.982
5 29.979

From Table 3.2, it is seen that the smaller width of the enclosure will lead to higher
cut-off frequency, so lower passband ripple.

After a good understanding of the effects of the resonator and the waveguide
dimensions on filter design, next the characterization of an EWG combline filter via

Filpro is investigated.
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3.2 Characterization of an EWG Combline Filter

The initial circuit is formed according to the given specifications in table. The circuit

is synthesized on Filpro with the given specifications is illustrated in Figure 3.4.

I S

RS : 80 C :6562 L :0018 C : 8581 L : 00000 L : 0.0292 C

L

L0020 1:n: 0.0189 RL : S0

0643

L

o

L : 44.223 C

Figure 3.4 Initial Filpro circuit for EWG combline filter design

Next, the initial circuit is converted into the inductively coupled shunt LC resonator

form as seen in Figure 3.5.

9 ) 9

RS : S0 L : 00162 L : 0.6087 L : 00162 L : 0.8210 L : 0.0162 L : 0.6087
C : 5.6727 C : 5.7822 C : 6.7822

|

L :0.0162 RL : 50
C : 5.6727

—O—
[
:
2
2

Figure 3.5 Inductively coupled shunt LC resonator form of the initial circuit

In order to proceed with the EWG design, the circuit is scaled up in impedance such

that the Pi-sections of inductors of the circuit of Figure 3.5 will be equivalent to
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waveguide pieces with desired cross sectional dimensions and proper lengths
between resonator rods. The shunt capacitors will be realized at the open ends of rods

which as gap capacitors. The desired waveguide parameters are given in Table 3.3.

Table 3.3 EWG parameters of the filter design inserted into Filpro

EWG parameters
Width of EWG 6mm
Height of EWG 4mm
Dielectric constant 1
Passband center 16800 MHz
Characteristic impedance of the posts 70 Ohm
Height of the posts <4mm

The shunt LC resonators are actually formed by shunt legs of the Pi-models of EWG
piece together with the inductance and capacitance of the resonator rods. There are
some remarks regarding to Table 3.3. Since the passband center of the EWG filter is
16800 MHz, from Table 3.2, the choice of the EWG width of 6mm will lead to flatter
attenuation through the passband. As detailed in the previous section, in order to
achieve the characteristic impedance of 70 Ohm, the ratio of the width of the post to
the width of the enclosure has to be 0.33. So, the width of the posts will be set to
2mm in the EM analysis. Also the height of posts must be less than the height b of
the waveguide to allow for the capacitance gap. The corresponding circuit after

setting EWG parameters is given in Figure 3.6.
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o

o

2

: 04461
: 0.2104

RS : 80 K : 262,08 L : 0.4461 L : 16,727 L
C : 0.2064 c
L 16727 L : 0.4461 K : 262,08 RL : 50

C : 0.2064

Figure 3.6 The circuit in Filpro after scaling the circuit for the selected EWG

parameters

As described in Chapter 2, the EWG pieces can be represented as Pi sections of
inductors. As seen in Figure 3.6, there are three symmetric Pi sections composed of
inductors which are replaced by EWGs next and Filpro calculates the lengths of each
EWG which are about 5.3 and 6 mm. These waveguide lengths will be considered as
a starting point to set the separation between the resonators in the following designs.

Figure 3.7 shows the circuit after replacing the inductive Pi-sections of Figure 3.6 by

EWG pieces.

—

L @ 22,858 L

[

: 0. 4461
¢ 0.2104

41) K %> WG %> WG %;
RS : 50 K 262,08 L : 0.4849 \Udt-a: € L : 0.5312 MWdt-a: 6 L : 0.5312
c 0.2063 Hgt-b: 4 C : 0.2114 Hgt-b: 4 cC : 0.2114
Er : 1 Er : 1
Lng : 5.3201 Lng : 6.0732
WG {) K []’]
Udt-a: & L : 0.4849 K : 262,08 RL : S0
Hat-b: 4 C : 0.2063
Er : 1
Lng : 5.3201

Figure 3.7 Filpro circuit after Pi-sections of inductors are replaced by EWGs
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Then, the shunt LC resonators in between EWGs are converted into SC
Stub+Capacitor forms given in Figure 3.8 to represent the posts, where one end of
the post is connected to the ground forming an SC stub and there is a gap between

the other end of the post and the enclosure forming a capacitance.

I

K WG WG e
RS : G0 K : 262,08 C : 0.1625 MWdt-a: € C : 0.1713 Wdt-a: 6 C : 0.17213
Zo : 63.901 Hgt-b: 4 20 70 Hgot-b: 4 2o : 70
Lng: 2.3 Er : 1 Lng: 2.3 Er : 1 Lng: 2.3
Er oz 1 Lng : 5.3201 Er : 1 Lng : 6.0732 Er : 1
WG K
Wdt-a: € C :0.1626 K : 262.08 RL : S0
Hat-b: 4 2o : 63,901

Er : 1 Lng: 2.3
Lng: 5.32001 Er : 1

Figure 3.8 Filpro circuit after conversion of the LC resonators into SC

Stub+Capacitor form

The resulting S parameters of the circuit above are shown in Figure 3.9.
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Figure 3.9 The response of the EWG filter calculated via Filpro

However, the circuit given in Figure 3.8 includes inverters at the input and output
ports. These inverters should be converted to the tapped form in order to proceed
with the realization of the design. So, the inverters with the parallel LC resonators
next to them are replaced with the tapping points having the same the quarter
wavelength frequency, f; of the SC stubs of the resonators. The impedance of the
tapping points is set to 70 Ohm which is the impedance of the resonators in the

circuit as seen in Figure 3.10.

60



[

WG WG WG vee

LtT

RS : S0 2o : 70 Wdt-a: € C : 0.1713 MUdt-a: 6 C : 0.1713 MWdt-a: €
Lng: 2.3 Hat-b: 4 2o : 70 Hgot-b: 4 Zo : 70 Hat-b: 4
Lntp: 0.391 Er : 1 Lng: 2.3 Er : 1 Lng: 2.3 Er : 1
C : 0.149¢ Lng: 5.32010 Er : 1 Lng : 6.0732 Er : 1 Lng : 5.3201

TLt

20 : 70 RL : SO
Lng: 2.3

Lntp: 0.381

C : 0.1496

Figure 3.10 Filpro circuit after replacing the inverters with tapping points

After equating the impedances of the tapping points to the posts, some degradation in

the final response occurs as seen in Figure 3.11.
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Figure 3.11 The response of the EWG filter after insertion of the tapping points

The lengths of waveguides and capacitances of the resonators are tuned to have
better insertion loss, passband ripple as well as lower return loss, and the final Filpro

circuit and the filter response are given in Figure 3.12 and Figure 3.13, respectively.
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WG WG
o 7 WG
RS : 50 2o : 70 Wdt-a: € C : 0.1713 MWdt-a: ¢ C : 0.1713 MWdt-a: 6
Lng: 2.3 Hgt-b: 4 2o : 70 Hat-b: 4 2o : 70 Hat-b: 4
Lntp: 0.391 Er : Lng : 2.3 Er : 1 Lng : 2.3 Er : 1
C : 0.1513 Lng: 5.4301 Er : 1 Lng : 6.1232 Er : 1 Lng : 5.4301
T Lt
Zo : 70 RL : S0
Lng: 2.3
Lntp: 0.391
C : 0.1513
Figure 3.12 Final Filpro circuit after tuning
INSERTION # RETURN LOSS
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Figure 3.13 Final response of the filter derived via Filpro
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After investigating the properties of the resonators and the design approach of the
EWG type filters together with establishing a starting point regarding to the
separation between the resonators, a complete EWG combline bandpass filter design

via starting from Filpro and continuing in CST is described in the next section.
3.3 EWG Combline Filter Tuning by Group Delay Approach

In this section, a 4-resonator bandpass filter will be designed using group delay of
S11. Design steps will be explained in detailed to understand the methodology lying
behind.

First of all, the filter is designed in Filpro in order to calculate corresponding
coupling coefficients of the bandpass filter. The filter specifications are given in

Table 3.4.

Table 3.4 The expected filter specifications for 4-resonator filter design

By Prototype with Inverters Shunt Caps + Inverters
Degree 4

Ripple (dB) 0.01

Filter Type Lumped, BPF
Passband Corners (MHz) 16600-17000

After inserting the specifications of the filter to Filpro, the software automatically

generates the circuit given in Figure 3.14.
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("9 H 1 H0F

RS : 50 L : 00158 K : 41.757 L : 0.0065 K : 36587 L : 0.0068 K : 41.767
C : 5.6728 C : 13,699 C : 13,695

S

L : 00158 RL : SO
C : 5.6728

Figure 3.14 Initial Filpro circuit generated automatically for 4-resonator bandpass

filter design

The software is capable of calculating the external Q and the coupling coefficient
values, k for any built circuit. Here the corresponding parameters derived by Filpro

are given in Table 3.5..

Table 3.5 External Q and the coupling coefficients of the 4-resonator bandpass filter

design
Q external (source) 29.9404
Q external (load) 29.9404
k1,2 0.0257
k2,3 0.0189
k3,4 0.0257

Using the equations, (2.29) - (2.33), the group delays of S;; at f, for all the

resonators are calculated. All group delays are demonstrated in Table 3.6.
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Table 3.6 The group delays of 4-resonator bandpass filter

Resonator Order Group Delay (ns)
First 1.13
Second 1.91
Third 1.91
Fourth 1.13

Since the filter is symmetric, the group delay values of first and fourth resonator and
second and third resonator are the same as seen in Table 3.6.
As explained in Section 2.6, the group delay values derived will guide the rest of the

design to find tapping point and proximity of resonators.

After calculation of the necessary parameters, the design is carried to CST in order to
realize and tune to the expected filter specifications. In order to achieve high
unloaded Q and low transmission line attenuation, the widths of the square resonators
are chosen as 2mm with the filter width to be 6mm as derived in the previous section
for Zy = 70Q. The height of the filter is set to 4mm and the heights of the resonators
are set to 2.3mm as a starting point and will be tuned later. 4-resonator cavity filter

drawn initially via CST is illustrated in Figure 3.15.
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Figure 3.15 4-resonator cavity filter designed in CST

In order to proceed with the group delay method described in detail in Chapter 2, all
of the resonators except the first one are shorted to ground. The visualization of this
step is given in Figure 3.16 where the first resonator has a gap between the ground
and the tapping point, while the rest are connected to ground plane by connecting the

tap screws to the stubs as seen clearly.

Figure 3.16 The filter drawing in CST when all of the resonators are shorted to

ground except the first one.
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The plot of the group delay versus frequency for 14-20 GHz frequency range is
presented in Figure 3.17.

Group Delay Time

0.8

Tgroup_ p1(1)1(1)

Tgroup_ p1(1)1(1) : 0.77030957

Groupdelay / ns

0 i i i i i
14 15 6 17.067 18 19 20

Frequency / GHz

Figure 3.17 The simulated group delay when only first resonator is restored

The first group delay value of the design in Figure 3.16 is 0.77 ns at about 17 GHz
which is highlighted in Figure 3.17. However as given in Table 3.6, the first group
delay value has to be 1.13 ns at fp = 16.8 GHz. In order to adjust the group delay
value to 1.13 ns, the spacing between the tapping point and the ground plane is
adjusted. Also in order to set the center frequency, capacitance is adjusted by tuning

the screw. After a few trials, first group delay is settled as shown in Figure 3.18.
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Figure 3.18 First group delay value after necessary tuning

Next the group delay of the first and second resonators will be adjusted. In order to
proceed, first two resonators are being restored with keeping the rest grounded as

illustrated in Figure 3.19.

Figure 3.19 The drawing of the filter when first 2 resonators are restored in order to

calculate the second group delay

In order to achieve the expected second group delay value given in Table 3.6,

necessary tuning is accomplished via adjusting the spacing between first and second

69



resonator and tuning the second screw to adjust the capacitance as depicted in Figure

3.20.

Group Delay Time

Tgroup_ p1(1)1(1)

2.5 1

2

1.51

Groupdelay / ns

14

0.5+

0 ; i i ; :
14 15 16 [16.8]17 18 19 20

Frequency / GHz

Figure 3.20 The value and the frequency of the second group delay when 2

resonators are restored.

Since the filter is symmetric, the positions of the screws for the third and fourth
resonator have already been derived while adjusting the first and second group
delays. Again the tapping point for the output port will be the same as the input. The
final drawing of the filter after restoring all of the resonators by proper adjustment of
the rest of the resonators’ parameters from first 2 resonators is presented in Figure
3.21. Until now, the only parameter which has not yet been considered is the spacing
between the second and third resonator. This value can be tuned while trying to
achieve the final S-parameters regarding to initial design specifications given in

Table 3.4.
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Figure 3.21 The drawing of the filter when all resonators are restored

The spacing between the second and third resonators is further tuned and final
response of the bandpass filter including the insertion and return losses is illustrated

in Figure 3.22.

S-Parameter [Magntude in dB]

: 11
SL,L 1 -27.794468  [---oeeeseeeeeeeee e 52,1
s3,1:-0.0072220283( 51,2
51,2 -0.0072229283 52,2
52,21 27794468 [rroeeoee oo

14 15 16 17 18 19 20

Frequency / GHz

Figure 3.22 The final response of the combline bandpass filter

The total length of the filter is 38.7 mm. Main design stages are completed. For
implementation of the filter, losses should be incorporated and design steps should be

repeated.
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Next chapter is describing a novel approach to decrease the filter size by inserting
finite transmission zeros to the design and implementing this theory by adding

dielectric material in between the resonators.
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CHAPTER 4

DESIGN AND IMPLEMENTATION OF EWG COMBLINE FILTERS
WITH FINITE TRANSMISSION ZEROS (FTZS)

The selectivity of the EWG combline filters can be further improved by adding
transmission zeros created by coupling resonator lines to the resonators. Circuit
models of the combline filters involve inductive couplings between adjacent
resonators, appearing as series arm SC stubs. If these inductive coupling elements are
resonated by paralleling with capacitive reactances, it is possible to form finite
transmission zero sections. The parallel capacitive reactance can be implemented
easily in comb type coupled line sections by narrowing the gap between the

ungrounded tips of adjacent lines.

As explained in Chapter 2, SC stub is added to the series arm in order to form a
transmission zero at the finite frequency. If more SC stubs are added, then more

FTZs are formed. Both cases will be investigated in detail next.

First of all, one finite zero will be added below the passband, and then two zeros will
be added on each side of the passband. More FTZs can be added to both side of the
passband depending on the given insertion and return loss specifications and degree

of the filter.
4.1 4-Resonator Filter with 1-FTZ

In this section, 4-Resonator filter with one FTZ is designed and realized. The circuit

will be synthesized in Filpro as distributed element bandpass filter. As the first trial
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one FTZ is placed in the lower stopband. Given the following specifications in Table

4.1, the circuit is defined in Filpro.

Table 4.1 4-resonator 1-FTZ filter specifications

By Synthesis Distributed, BPF, EquiRipple
Ripple (dB) 0.01
Passband Corners (MHz) 16600-17000

Transmission Zeros

1 Nzero, 5 Ninf, 1 FTZ (@16000 MHz)

Degree 4

Quarter Wave Frequency (f;) (MHz) 25200

The synthesized circuit is depicted in Figure 4.1.

I
R

% u %
0 0.8
2 2.9
1 1

RS : 50 2o : 9874 20 : 2.315% Zo : 0268 Zo : 0.009 Zsc : 0.1996 2o : 683
Lng 9741 Lng: 2.9741 Lng: 9741 Lng L9741 Zoc : 0.4785 Lng: 741
Er Er : 1 Er : Er Lng : 2.9741 Er :
Er : 1
2o : 43.602 2o : 131.57 1:n: 0.2305 RL : SO
Lng : 2.9741 Lng : 2.9741
Er : 1 Er : 1

Figure 4.1 Initial 4-resonator 1-FTZ circuit built in Filpro

Next, the shunt SC stubs are distributed into the circuit using Pi-Tee-L
transformations such that each shunt OC stub in between the transmission lines will

have a SC stub in parallel, with equal impedances as seen in Figure 4.2. The parallel
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OC and SC stub pairs form the shunt resonators, similar to the shunt LC resonators
of lumped BP filters. By this way, all the resonators will have equal impedances and

sizes for convenient design and manufacturing.

—} e N\ yr l;/ Fr
RS : S0 Zsc 24832 1 34.290 Z2sc: 2.4832 2sc: 10,088 Zsc: 2.4832 Zo : 34.290
2Zoc : 6.9874 3 H H Zoc : 7.2422 Lng : 2.9741
Lng : 2.9741 Lng : 2.9741 Er : 1
Er : 1 Er : 1

Zsc : 2.4832 RL

Zoc : 6.9874
Lng : 2.9741
Er : 1

Figure 4.2 The circuit that the shunt OC stubs are distributed into circuit

Then the OC stub components of the OC+SC Stub resonators are converted into

equivalent lumped capacitors as seen in Figure 4.3.

— ¥rd 11 ¥rd
#9 - {F {% = {‘f
RS : S0 C : 3.32496 2Zo : 34.280 C : 3.2076 C : 0.89605 C : 3.2076 Zo : 34.290
Zo : 1.7214 Lng: 2.9741 2o : 1.7402 2o : 6.6397 Zo : 1.7402 Lng : 2.9741
Lng : 2.9741 Er : 1 Lng : 2.9741 Lng: 2.9741 Lng: 2.9741 Er : 1
Er : 1 Er : 1 Er : 1 Er : 1

C : 3.3246 RL : S0
2o : 1.7214
Lng : 2.9741
Er : 1

Figure 4.3 The circuit that the OC stub components of the OC+SC Stub elements are

converted into lumped capacitors
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The frequency response of return loss, S11, and insertion loss, S21, of the circuit
shown in Figure 4.3 is plotted in Figure 4.4. The FTZ is located at about 16000 MHz

in the lower stopband as expected.

INSERTION/RETURN LOSS I
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400 MHz~

Figure 4.4 The insertion and return losses of the filter after insertion of FTZ

Since the calculation of the group delay values as given in Chapter 3 does not hold
when FTZ exists in the design, the plot for the group delay versus frequency
generated via Filpro will be used during tuning stages. As explained in Chapter 3, in
order to simulate first resonator’s group delay all the resonators are short circuited by
setting the capacitance values large enough except the first one. Then the group delay

of the first resonator is found as 1.137 ns at 16830 MHz as depicted in Figure 4.5.
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Figure 4.5 First group delay vs. Frequency simulated in Filpro

Next, the second group delay is found by restoring first and second resonators. The

same procedure is followed. The group delay of the circuit is plotted in Figure 4.6.
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Figure 4.6 Second group delay vs. Frequency simulated in Filpro

Since the circuit is symmetric, there is no need to observe the rest of group delay
values.

After collecting the expected group delay plots, the circuit is drawn in CST EM
simulator software and differential ports are added as shown in Figure 4.7. First and

second ports reflect the input and output of the filter, respectively.
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Figure 4.7 4-resonator 1-FTZ filter designed in CST

External lumped capacitor elements are added to the differential ports as depicted in
Figure 4.8 to create the FTZ. The capacitances of the corresponding capacitors in
Port 3, 4, 5 and 6 will be adjusted by tuning of the screws and could be realized by
turning the screws, changing the spacing between the resonator and the screw, itself.
The last port, 7, which is between second and third resonator will simulate the FTZ

value and will be investigated in detail, later in this section.

Figure 4.8 The realization of all ports in CST
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The group delay values of the resonators are adjusted to the expected ones found via
Filpro by following the same procedure given in Chapter 3. All of the resonators
except the first one are short circuited. The first group delay is adjusted via tuning
the tapping point and the screw of the first resonator. The final value of the first
group delay is given in Figure 4.9 where the group delay of the first resonator is
depicted as 1.09 ns at 16830 MHz. This value is close enough to proceed with the

second group delay verification.

GroupDelay [Real Part]

[
: F
: P
: 7

0.1

Time/ ns

0
14 15 16 16.83] 17 18 19 20
Frequency/GHz

Figure 4.9 First group delay vs. Frequency derived in CST

Next, first and second resonators are restored. After tuning the screws of the first and
second resonators, the second group delay is adjusted as illustrated in Figure 4.10

where the pattern is close enough to the one depicted in Figure 4.6.
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Figure 4.10 Second group delay vs. Frequency derived in CST

Finally, all the resonators are restored and fine tuning of the screws is done to get the
filter specifications. After several iterations, the final filter response of the 16600-
17000 MHz bandpass filter with one FTZ is plotted in Figure 4.11. The return loss of

better than 20dB is achieved as seen in the figure.

S-Parameters [Magnitude in dB]
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Figure 4.11 4-resonator 1-FTZ filter response calculated via CST
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As mentioned before, the external capacitor on Port 7 simulates the FTZ. In order to
realize a FTZ, a dielectric block will be used to replace the external capacitor. The
material itself will have a capacitive effect and the height of the material will adjust
the exact capacitance value that creates FTZ. The material for the block is chosen to
be Rogers RO 3003 with the permittivity of €=3. A block of Rogers RO 3003 is

placed in between the second and third resonator as illustrated in Figure 4.12.

Figure 4.12 The realization of port 7 which corresponds to FTZ in CST

After the insertion of the dielectric block, the response of the filter has been distorted
as expected. The variables used to tune the filter before are again tuned. Final filter

response including the dielectric material is depicted in Figure 4.13.
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Figure 4.13 4-resonator 1-FTZ final filter response after realization of port 7 (FTZ)

The crucial point regarding to the dielectric block is that the capacitance of the
capacitor of port 7 should be tunable to both negative and positive values, which
means that the size change of the dielectric material will lead to accurate tuning of
the LC resonator representing the FTZ. For the response given in Figure 4.13, the
capacitance of port 7 is found to be negative. In order to define a tuning process, a
positive capacitance of port 7 should be derived as well. So, the height of the

dielectric block is decreased as illustrated in Figure 4.14.
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Figure 4.14 The drawing showing how to tune the dielectric block that corresponds
to FTZ

The filter is tuned again via changing the positions of the screws, the gaps in between
the resonators and the screws; the S-parameters shown in Figure 4.15 are obtained.
On the other hand, it is found out that the capacitor value of port 7 has been tuned to
a positive value. This result shows that by changing the height of dielectric a

successful tuning cycle is achieved for the resonator representing the FTZ.
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Figure 4.15 Final filter response including tuning of the FTZ via height of the

dielectric material

As seen from Figure 4.15, The FTZ has been observed at about 16200 MHz, instead
of 16000 MHz. Unaccounted EW modes can be the reason of the frequency shift.
The final filter length is found to be 33mm. This filter is approximately 15% smaller
than the filter designed in Chapter 3, where there are no FTZs.

In the next section, using the same approach the same bandpass filter will be
designed with 2 FTZ’s located at both upper and lower stopbands achieving better

stopband characteristics in both upper and lower bands as well as compact size.
4.2  4-Resonator Filter Design with 2-FTZ

Similar approach given in Section 4.1 will be carried for the bandpass filter with 2-

FTZ design. The expected filter specifications are given in Table 4.2.
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Table 4.2 4-resonator 2-FTZ filter specifications

By Synthesis Distributed, BPF, EquiRipple
Ripple (dB) 0.01

Passband Corners (MHz) 16600-17000

Transmission Zeros 1 Nzero, 3 Ninf, 2 FTZ

(@16000 MHz and @17500 MHz)

Degree 4
Quarter Wave Frequency (f;) | 25200
(MHz)

The derived circuit from Filpro after converting the OC stub components of the

OCHSC Stub elements are converted into lumped capacitors is given in Figure 4.16.

I

é 1 1 I
RS : B0 C : 25487 C : 1,1577 C : 2.6234 Zo : 47.006 C : 2.8541 C : 1.0692
Zo : 2.0840 Zo : 5.5086 Zo : 2.0840 Lng: 2.9741 Zo : 2.0840 Zo : 4.4022
Lng : 2.9741 Lng: 2.9741 Lng: 2.9741 Er : 1 Lng : 2.9741 Lng: 2.9741
Er : 1 Er : 1 Er : 1 Er : 1 Er : 1

g |

C : 27000 RL : S0

2o : 2.0840
Lng : 2.9741
Er : 1

Figure 4.16 4-resonator 2-FTZ bandpass filter design in Filpro

The resultant insertion and return losses derived from Filpro is given in Figure 4.17.

Both FTZs are visible in the frequency response. One FTZ is located at about 16
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GHz and the other is located at about 17.5GHz. The filter has very good rejection for
both upper and lower stopbands.

INSERTION/RETURM LOSS

10,0 |

20.0 ¢

s ,,ff—\ /\Uf\,l T

30.0 |

40,0

50.0 |

15000.00 15200.00 1eeoc.00 FPER 1740000 18200.00 15000, 00
400 MHz.~

Figure 4.17 4-resonator 2-FTZ filter response calculated via Filpro

By using the group delays found in Filpro, the design is generated in CST. The
spacings between the resonators and the ground planes, separation between the
adjacent resonators and tapping point are tuned to get the corresponding group delay
values of Filpro.

Finally, 2 FTZs are realized via dielectric materials that are placed in between the
first and second resonators as well as third and fourth resonators as illustrated in
Figure 4.18. The dielectric material considered is the same as before, Rogers RO

3003 with the permittivity of &=3.
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Figure 4.18 4-resonator 2-FTZ filter design via CST

After tuning the screws, i.e., adjusting the capacitances of the ports 3, 4, 5, and 6, the
final filter response found is given in Figure 4.19. The capacitance values of port 7
and port 8 regarding to FTZs are calculated to be negative in this case. However
those values should also be adjusted to positive value as well in order to provide a

converging tuning mechanism after manufacturing the filter.

S-Parameters [Magnitude in dB]

b
L apl\
. LIV
. L |

. / \

si,1
2,1

13 14 15 16 17 18 19 20
Frequency / GHz

Figure 4.19 4-resonator 2-FTZ filter response derived via CST
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Next, the heights of the dielectric materials are decreased as seen in Figure 4.20 and
the filter is tuned again and the response given in Figure 4.21 is derived. The signs of
the capacitances for both FTZs are positive, so it is concluded that the filter is

realizable.

Figure 4.20 4-resonator 2-FTZ filter design via CST showing how to tune the FTZs
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Figure 4.21 4-resonator 2-FTZ filter response derived via CST after tuning the

capacitances of FTZs to positive value

When the response is examined, the return loss is well below -18dB in the passband.
The insertion loss has a very small passband ripple of about 0.08dB. Both FTZs are
located close to the expected frequencies and the rejection of 40dB is achieved at
about 17.3GHz at the upper band and 16.25 GHz at the lower band. The wideband
response of the filter is depicted in Figure 4.22. There are some spurious signals exist
in the frequency range of 20 - 23 GHz. The reason for the corresponding unwanted
signals could be the higher order modes of the waves travelling in the waveguide or
the fictitious resonance frequencies generated by the waveguide. These issues should

be investigated deeply in order to figure out the causes and how to avoid them.
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Figure 4.22 Wideband response of the 4-resonator 2-FTZ filter

Final and important comment will be about the sizes of the filters. The EWG
combline filters have smaller sizes compared to traditional bandpass or combline
filters. The sizes of EWG combline filters even get smaller with the insertion of the

FTZ(s).

The bandpass filter given in Chapter 3 has a length of 38.7mm. In the first section of
Chapter 4, same filter is designed with 1 FTZ and the length of the filter is derived as
33mm. After 2 FTZs, the length of the filter turned out to be 28mm. From these

values, the effect of the FTZ is explicit in terms of size.

91



92



CHAPTER 5

CONCLUSION

This thesis has addressed the design of the combline bandpass filters with
miniaturized sizes that are more convenient to use in the RF and microwave modules
designed with advanced technology. The method used in this thesis for length
reduction of the filter, is a novel technique that covers FTZ generation via dielectric

block insertion and tuning it by changing its height.

The way for implementation the filter with smaller dimensions used in this thesis is
incorporation of combline and evanescent mode waveguide filter structures. Chapter
2 discussed the general theory of both combline and evanescent mode waveguide
filters. The key concepts used in design steps are also focused. In order to reduce the
length as well as to improve the filter response, FTZ generation in the analysis is

detailed.

Chapter 3 described the characterization of a single resonator in terms of
characteristic impedance and corresponding quality factor values. Then, an EWG
filter is designed. This design is crucial, since finding the approximate separation
between the resonators is achieved via EWG design. Using this aforementioned idea
to derive the selected waveguide dimensions and separation values between the
posts, a 4-resonator EWG combline filter is designed and simulated via CST. This
design is carried via group delay method that considers the coupling coefficients and
Q values to get the expected group delay values. The group delay values are used for

practical and easy design implementation.
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Chapter 4 presented two filter designs with the same specifications of Chapter 3 to
illustrate FTZ(s) generation in the EWG combline filter design. Both designs lead to
length reduction as well as better selectivity and lower stopband. First of all, one
FTZ at 16000 MHz is added to the circuit. Higher attenuation is achieved at the
lower stopband. FTZ is realized in the 3-D electromagnetic simulator program, CST,
with a dielectric block of Rogers RO 3003 (g,=3) located in the middle of the filter,
between second and third resonators. The capacitance value of the FTZ could be
tuned by changing the height of the dielectric block. The length of the filter is
decreased by approximately 15% after one FTZ. Following this novel contribution,
another design with 2 FTZs is carried out via similar approach. Second FTZ is added
to 17500 MHz. FTZs are constructed by adding dielectric blocks in between first and
second resonators and third and forth resonators. The selectivity of the filter is
increased explicitly in both lower and upper stopbands. The filter length is further
decreased by 15% when compared to one FTZ design. Both designs in this chapter
are held via group delay approach where simulated group delay plots generated via

Filpro.

Consequently, it is shown that, if the length of the filter is a constraint on the design,
adding FTZ(s) to the filter is a way of length reduction. Adding FTZ means
constituting extra capacitance in between the resonators where FTZ exists. In this
thesis, the realization of the FTZ(s) is succeeded by inserting dielectric material
Rogers RO 3003. Different dielectric materials according to the expected capacitance

values can be considered for different designs.
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